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A Broadband Free-Space Millimeter-Wave
Vector Transmission Measurement System

Yoshiyuki Konishi, Masayuki Kamegawa, Michael Case, Ruai Yu, Scott T. Allen, and Mark J. W. Rodwell

Abstract— We report both broadband monolithic transmitter
and receiver IC’s for mm-wave electromagnetic measurements.
The IC’s use a nonlinear transmission line (NLTL) and a sam-
pling circuit as a picosecond pulse generator and detector. The
pulses are radiated and received by planar monolithic bow-
tie antennas, collimated with silicon substrate lenses and off-
axis parabolic reflectors. Through Fourier transformation of the
received pulse, accurate 30-250 GHz free space gain-frequency
and phase-frequency measurements are demonstrated. Systems
design considerations are discussed, and a variety of mm-wave
broadband transmission measurements are demonstrated.

I. INTRODUCTION

OR mm-wave gain-frequency measurement systems, con-

venient and broadband sources and detectors have been
required for some time. Measurement systems based on wave-
guide components [1] have played a dominant role, but each
component has narrowband frequency coverage (1.5:1). To
measure over a broad bandwidth, many waveguide systems
must be used, which is both inconvenient and expensive.
Additionally, >100 GHz waveguides are difficult to machine
and require precise assembly.

Another submillimeter-wave measurement technique uses
antenna-coupled photoconductors to radiate and detect subpi-
cosecond electromagnetic pulses. The photoconductors are ex-
cited by lasers having subpicosecond pulse durations. Through
Fourier analysis of the received pulse, the amplitude and
phase transmission functions of materials can be measured at
frequencies as high as ~3 THz [2]. The primary difficulty is
in the size and cost of the apparatus.

The mm-wave measurement system reported here [3] ra-
diates and detects picosecond pulses and obtains frequency
information through Fourier transformation. The system uses
solid-state monolithic devices, a nonlinear transmission line
(NLTL) for pulse generation and a sampling circuit for signal
detection [3]-[6]. The NLTL-based system is much more
compact than laser systems, and has a frequency resolution
determined by the phase noise and frequency resolution of
the microwave drive sources employed. Because the NLTL
input frequency can be varied by as much as one octave, the
system can easily be tuned to a desired mm-wave harmonic
frequency. Compared to waveguide-based systems, the NLTL-
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based system covers a 30-250 GHz bandwidth with a single
experimental setup, and a set of mm-waveguide components
are replaced by a pair of GaAs IC’s.

II. THE TRANSMITTER AND RECEIVER

NLTL’s and NLTL-gated sampling circuits permit genera-
tion and detection of transient signals with ~1 ps risetimes.
A circuit diagram of the NLTL is shown in Fig. 1(a); a
detailed discussion of their design and operation is given in
{5]. In the NLTL, a high-impedance transmission line with
characteristic impedance Z; is periodically loaded, at spacings
7 (in units of time) by Schottky varactor diodes, producing
a synthetic transmission line whose propagation velocity is
voltage-dependent. As a negative-going input voltage transi-
tion (either a step-function or the negative-going transitions of
a sinusoidal input signal) with initial voltage v;, final voltage
vy, and falltime T ;, propagates along the line, the fall time
will at first decrease linearly with propagation distance due
to the differential propagation delay AT = T'(v) — T(w)
along the wavefront, where T(v) = ny/LCr(v). L = Z;T is
the inductance per line section, n is the number of diodes
past which the signal has propagated, Cr(v) = Cj(v) +
7/Z, is the total capacitance per line section and C;(v)
is the voltage-variable diode junction capacitance. As the
fall time decreases, dispersion arising from the periodic-line
cutoff frequency, wper =~ 2/ VLC},, and the varactor cutoff
frequency, wq,s = 1 /7sCis , competes with the compression
arising from the voltage-dependent propagation velocity. Here
Cis = (Q(vn) — V(v1))/(vn — w1) is the varactor large-signal
(average) capacitance and r, is the diode series resistance. A
final limited falltime Tf min is reached at which the falltime
compression per section arising from AT is balanced by the
falltime broadening per section arising from wper and wy,is-
If the diode cutoff frequency dominates, T min X 1/was »
and wavefront transition times of ~1-2 ps are feasible given
diodes with cutoff frequencies of 1-2 THz. With a sinusoidal
input signal, the NLTL forms shock-waves from the negative-
going half-cycles of the sinusoid, producing a sawtooth output
waveform with significant power at high-order harmonics of
the signal frequency.

A 2-diode-bridge sampling circuit (Fig. 1(b)) measures the
received signal. As with the NLTL, a detailed circuit de-
scription is given in [5]. A second NLTL, also driven by
a 7-14 GHz microwave synthesizer, generates a sawtooth
waveform with 1.5 ps falltime. The step-functions generated
by this NLTL are converted into a pair of positive-going
and negative-going impulses using a combined balun and
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Fig. 1. NLTL (a) and sampling circuit (b) schematics, and (c) NLTL output
measured by a sampling circuit.

differentiator network implemented in coplanar waveguide
and coplanar strip transmission lines. The strobe NLTL is
coupled to this balun/differentiator through a rudimentary
impedance-matching network (C1, C2, and R1). A pair of
sampling diodes (D1 and D2), normally held in reverse
bias, are driven momentarily into forward conduction by
the symmetric positive and negative impulses. During this
period, the sampling aperture period, the diodes are in a low-
impedance state and the input signal can partially charge a
pair of hold capacitors (C3 and C4) placed in series with the
two sampling diodes. If the strobe frequency is synchronous
with the signal frequency, the circuit will repetitively sample
the input signal at a fixed point within its repetition period,
and the sampled output, coupled through resistors R4 and R5,
will asymptotically charge to a voltage equal to the value of
the input voltage waveform at the time of the strobe pulse.
The full waveform of the input signal is measured by slowly
varying the relative timing of the input and strobe signals, this
being accomplished by offsetting the strobe frequency from the
signal repetition frequency by approximately 100 Hz. Fig. 1(c)
shows an NLTL output measured by an NLTL-gated sampling
circuit. The measured 1.8 ps transition time is the convolution
of the NLTL falltime and the sampling circuit risetime.

The free-space measurement system requires wideband on-
wafer antennas. The bowtie antenna, linearly tapered coplanar
strip (V') antenna, and linearly-tapered CPW antenna (slot-V)
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all are scale-invariant structures having frequency independent
far-field radiation patterns and radiation impedances [8]-{10].
The bow-tie has a multi-lobed radiation pattern (resulting
in spatial non-uniformity of the collimated beam) but per-
mits close integration with the NLTL and with the sampling
circuits. The recently-reported slot-V antenna [10] has a better-
collimated radiation pattern, and would in fact be preferred
over the bowtie for this application.

The transmitter NLTL is fabricated within one electrode
plane of the bowtie antenna, and drives the 120° (52(
impedance) antenna through a coplanar waveguide (CPW)
feed network (Fig. 2(a)). Two 10052 resistances at the antenna
perimeter terminate the antenna at frequencies below the
antenna low-frequency cut-off. The receiver is a bow-tie
antenna interfaced through a similar antenna feed (Figs. 2(b)
and 3). The 5092 sampling circuit input impedance terminates
the receiving antenna without reflection.

Metallic losses of traveling-wave antennas are small even
at sub-mm-wave frequencies. To demonstrate this simply, we
calculate the net skin loss on a tapered-coplanar-strip (V')
antenna (Fig. 4(a)). In the limit of small angles #; and 65, the
skin and radiation losses of the V antenna can be computed
from an integral with respect to distance of the skin and
radiation loss relationships of an (untapered) CPS line [8],
[11]. Losses computed for the V antenna then also apply
to a pair of counter-propagating V' antennas fed by a single
CPW (Fig. 4(b)), a structure similar to the bowtie antenna
(Fig. 4(c)).

The power P, propagating on the V antenna varies accord-
ing to dPy/dz = —2(a,(2) + as(2))P(z), where a,(z) and
a4(2) are the radiation and skin attenuation coefficients per
unit distance at position z. The power radiated is

Zend
2a,(z)Pi(z)dz ¢))

Zfeed

P. =

Given small 6; and 62, a,.(z) and a,(z) can be approx-
imated from CPS skin-effect and radiation loss expressions,
where s(z) = 0,z and d(z) = 2. Radiation loss is [8]

ar(z) = (1/2)°V2(3 - VB)Ve + &(1 - 1/¢,)?
x d*(2) f2 /K (K)K(K') @

where f is the frequency in Hz, €, = 13 the substrate dielectric
constant, ¢ the speed of light, k = s/d, (k')? = 1 — k2, and
K (k) is the complete elliptic integral of first order. Skin loss

is (11]
Vrfulo

@(2) = K (k) (1 = 52/
2d 4rs(1 — s/d)
" [? (i)

. 2(7r N 1n(41rd(1 - s/d)))] 3

t(1+s/d)

where 2w = d — s, o is the metal (gold) conductivity,
4 the permeability of vacuum, ¢ the metal thickness, and
Zo = 3770/2/(1 + ¢, ) K (k') /K (k) the CPS (and antenna)
characteristic impedance.
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Fig. 2. Simplified approximate-scale integrated circuit layouts of (a) picosec-
ond transmitter and (b) picosecond receiver.

Fig. 5 shows the skin loss determined from (1)-(3),
while Fig. 6 shows the power radiated per unit distance
(2P(z)ar(2)). Note, Fig. 6 has the position zpeak Of peak
radiation varies as 1/f . Wider flare angles (61,62) increase
the rate of radiation per unit distance, thereby decreasing
skin-effect losses (Fig. 5). Increasing zs.q also decreases
skin-effect losses, but we must set Zged < Zpeak at the highest
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Fig. 4. The V (tapered CPS) antenna (A) and its dimensions. A pair of
counterpropagating 1’ antennas with a CPW feed (B) is similar to the bowtie
antenna (C) in the limit §2 = 180°. In all cases the traveling-wave antenna
is terminated in its characteristic impedance.

frequency of interest. The large angles of the bowtie antenna
prevent use of the approximate analysis above, but we surmise
that its large flare angles leads to losses at least as small as
the 0.2 dB (at 1 THz) loss attainable on the CPS antenna.

III. THE MEASUREMENT SYSTEM

The measurement system is shown in Fig. 7. The transmitter
and receiver IC’s are placed on 16 mm diameter hyper-
hemispherical high-resistivity silicon substrate lenses. Planar
antennas on dielectric substrates radiate primarily into the
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to the input power, on narrow-angle Vantennas.

substrate [8]. The angle of total internal reflection is 16° from
normal, and without the substrate lenses most of the radiated
power would be reflected at the GaAs—air interface at the
wafer back surface, resulting in low antenna efficiency. The
substrate lenses permit the radiation to escape, and provide
partial collimation. The radiated beam is. collimated with
off-axis parabolic mirrors (50 mm diameter, 33 mm focal
length), and is focused on the receiver through similar optics.
The transmitter NLTL is driven by a ~23 dBm sinewave at
frequency frr = 7-14 GHz, generating a sawtooth waveform
which is then radiated. The receiver NLTL is driven at
fro = far — fir, with typically fir = 100 Hz. At the
receiver, the integrated NLTL-gated sampling circuit converts
the received radio-frequency signal with repetition frequency
Jrr to a sampled (intermediate-frequency) signal with rep-
etition frequency fir. The sampled signal is observed on a
digitizing oscilloscope. A mixer generates a phase reference
signal for oscilloscope triggering, compensating for any phase
drift between the two synthesizers. Two attenuators at oblique
incidence on both sides of the sample under test suppress
cavity resonances between the transmitter and receiver.

The lens system, bow-tie antennas, and their associated
CPW baluns were characterized by a network analyzer con-
nected to the antennas with microwave wafer probes (Fig. 8).
With 7 mm antennas, a 10 GHz low-frequency cut-off is
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Fig. 8. Measured reflection coefficient (a) and system attenuation (b) for a
pair of 7-mm bowtie antennas.

observed (Fig. 8). Simple ray-tracing arguments predict that
the lenses will show spherical-mode resonances at multiples
of 2.3 GHz (arising from reflections at the antenna-lens and
lens-air interfaces); confirming this, the antenna return loss
shows multiple resonances at ~2.6 GHz separation. With
the hyperhemispherical lens, antenna radiation reflected from
the lens-air interface reflects the antenna radiation towards a
focal point below the antenna plane, and hence is defocused.
Hyperhemispherical lenses therefore show weaker spherical
resonances than hemispherical lenses. The insertion loss of
the transmitter-receiver pair (Fig. 8 (b)) is 18.5 dB and is
relatively flat from 1040 GHz. Bow-tie antenna losses of 6
dB per antenna have been reported [12].

Several factors determine the antenna system bandwidth.
The bow-tie antenna radiates efficiently only if its linear
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dimensions are larger than a free space wavelength [8], giving
the observed 10 GHz cut-off; a 2 mm length bow-tie exhibits a
35 GHz low-frequency cut-off. The substrate lens should also
be several wavelengths diameter at the lowest frequency of in-
terest. Diffraction also sets a low-frequency limit. With scale-
invariant antennas, the collimated beam diameter wq emerging
from the parabolic reflector is independent of wavelength. Un-
der the approximation of a Gaussian beam [13] the 1/e beam
radius w(z) = wo(1 + 22/23)1/? increases for propagation
distances z greater than the waist length 29 = mw?/\. With a
reflector separation d, wavelengths much longer than A. =~
wwa/d will have beam diameters substantially larger than
the receiver’s aperture, and the transmission efficiency drops.
System bandwidth depends critically upon alignment. Scale-
invariant antennas have effective aperture areas proportional
to A2. Consequently, misalignment selectively attenuates high-
frequency components in the received pulse train, limiting the
system bandwidth.

IV. CONTROL OF SPURIOUS REFLECTIONS

Although feasible, the current measurement system does
not measure all four scattering parameters of the device
under test. Because of this, full two-port calibration methods
cannot be applied, and accurate transmission measurements
(S21) can be made only if the reflection coefficients of the
source (transmitter) and detector (receiver) are small. While
the calibration methods used here are similar to those used in
microwave network measurements [14], [15], they differ from
those used in experiments with laser-excited photoconductors
[2].

The signal incident on the receiver should be only that
passing through the sample. Some fraction of the radiated
power will escape the collimated beam because of antenna
sidelobes, Fresnel reflections at the lens-air interfaces, beam
diffraction (at lower frequencies), and any off-normal re-
flection or scattering from the device under test. To control
these spurious responses, metal surfaces surrounding the ex-
perimental apparatus are covered with microwave absorber
(ferrite-filled rubber) to suppress spurious reflections. The
experimental sample is mounted in an aperture in an absorber-
covered wall placed between the transmitter and receiver.

Imaging the transmitter antenna onto the receiver produces
a resonant cavity because of reflections (55% electric field
reflection coefficient) at the air-lens interfaces. Because the
incident radiation is not normal to the hyperhemispherical lens
surface, the reflections are not fully collimated after pass-
ing back through the paraboloidal mirrors, and the apparent
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reflection coefficients of the transmitter and receiver hyper-
hemispherical lenses are reduced because of this defocusing.
If we analyze the system consisting of the transmitter, the
receiver, their respective reflection coefficients I'r and I'p,
and the sample under test (described by s-parameters S;;),
then the received signal during the reference measurement has
Fourier transform:

Rref(w) =
HT(w)HR(w)e—j“’(h“?)/c
(1 — e~2iwh/eTp)(1 — e—Ziwla/cTp) — e=2iw(i+l2)/cT T
)

where Hr(w) is the Fourier transform of the transmitted pulse,
Hp(w) is the Fourier transform of the receiver’s impulse
response, and /; and [y are the distances between the trans-
mitter and the sample and the receiver and the sample. The
received signal while measuring the device under test has a
Fourier transform (5), shown at the bottom of the page: The
measured transmission, the ratio of these two measurements,
is (6), shown at the bottom of the pagewhich is accurate (close
to So;1 ) only if I'r and I'p are made small.

To obtain accurate network measurements, transmitter and
receiver reflections are suppressing by placing 5 dB thin-
film metal attenuators at oblique incidence on both sides of
the sample under test. Without these attenuators, transmission
measurement errors of approximately +1 dB are seen in
measurements similar to those of Fig. 13. The calibration
method above provides a first-order correction arising to errors
from misalignment between the transmitter and receiver, as
the misalignment is present both during calibration and during
measurement of the device under test. However, the device
under test may deflect, focus, or defocus the transmitted
signal, changing the system alignment and hence the measured
transmission. A lens, for example, placed as the device under
test between the transmitter and receiver, will defocus the
propagating beam, reducing the received signal relative to
that measured during calibration; the system would measure
an attenuation resulting from the defocusing. Such effects are
inherent to a free-space measurement system.

V. BANDWIDTH AND SENSITIVITY

Given suppression of the cavity resonances or other spurious
signals, the system accuracy, dynamic range, and usable band-
width, is determined by the signal-to-noise ratio as a function
of frequency.

Fig. 9 shows the received signal and Fig. 10 its power
spectra with both the transmitter and receiver using 2 mm

Hrp(w)Hp(w)Sg e~ dwhiti)/e

Rmeas(w) =

521((1 _ e—2jwl1/cI‘T)(1 _ e—2jwlz/cI\R) _ €-2jw(11+12)/cFT1—\R)

(1 — e=2wl/e8) Tr)(1 — e~ 2wh/c 85T ) — e~2iwllitlz)/c 8y ST

()

S21,meas(w) = (

1- e‘zf‘*’ll/CSuI‘T)(l - 6_2-7“’[2/6522I‘R) — e"2jw(ll+l?)/6521512FTFR

6)
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Fig. 10. Received power spectrum (with attenuators) at sampling circuit
input, using 2 mm transmitter and receiver antennas.

square bow-tie antennas. The received waveform differs in
form from the sawtooth waveform generated by the NLTL be-
cause of the antenna system 30 GHz low-frequency cutoff. As
we will subsequently calculate and experimentally determine
the sampling circuit noise figure (e.g. the input-referred noise
power spectral density normalized to kT'), the power spectrum
of Fig. 10 is given in terms of the power at the input of the
sampling circuit. The pulse has 2.4 ps risetime and 270 mV
amplitude.

In the experimental configuration of Fig. 7, the two signif-
icant noise sources are the relative phase fluctuations (phase
noise) of the two microwave synthesizers, and the receiver
system noise, the latter being high because of the high sam-
pling circuit noise figure and conversion loss. Phase noise is
dominant. Although the two synthesizers share a common
10 MHz frequency standard, they have significant relative
phase fluctuations. We can ascribe (without loss of gen-
erality) these timing fluctuations to the transmitter’s (RF)
synthesizer. Given zero phase noise, the received signal at
the sampling circuit input will be () = r(¢ — n27/wgrr),
some periodic waveform with repetition frequency wgrp . With
phase noise, the RF synthesizer output is Vj cos(wrr(t —
J(t))), where J(t) is the randomly- varying timing, Sy(w) =
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Fig. 11. Equivalent circuits of the sampling circuit (above), and reduced,
equivalent single-channel circuit

J32(J(#)JI(t + 7))ewTdr its power spectral density, and
the single-sideband phase noise spectral density of the RF
synthesizer is £(w) = wipSs(w). The sampling circuit input
signal is now r(t.— J(¢)), and the power spectral density of
r(t) can be written as

+co
Sgr(w) = Z R, (6(w — NWRF) +n2w§FSJ(w — nwm:)) )

n=0

This assumes nwrroy < 1, where oy is the standard
deviation of J(t); R, is the received power in the n'h
harmonic of wry (Fig. 10). Note that J(t) has produced phase
noise sidebands n?wg;Sj(w —nwrr) about each harmonic of
WRE.

The receiver sampled (IF) output is the product i(t) =
r(t)s(t), where s(t) is a sampling impulse train at repetition
frequency wro = wrr — wir. The power spectrum of the
sampled signal is

+o00
S[(w) =G, Z R,,(&(w - 'nwm) + nzwwaJ(w - anF)),

n=0

®)
plus terms at higher frequencies (2wrr, 2wrL0, WRF + WLO,
etc.) which are removed by filtering. G, is the sampling circuit
conversion power gain (or loss). The measurement system
determines the (vector) amplitude at frequency nwgy of 7(t)
by measuring the amplitude at frequency nwir of i(t). Because
i(t) is downconverted to a low scan rate wir (100 Hz), a
given Fourier component of the pulse train are detected against
a noise background set by the collective phase modulation
sidebands of all other Fourier components. The signal/phase-
noise ratio at nwgr is

P, Ry

Pohasenoise (zz:t: R,,,me;‘;FSJ((n — m)wm))B.
)
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Fig. 13. Vector transmission measurement of a 254 um thickness alumina
test sample. left: insertion loss and right: phase.

B is the bandwidth of the signal-processing subsequent to the
receiver.

The receiver background (thermal) noise is much lower.
Fig. (11(a)) shows an equivalent circuit for the sampling
circuit. The circuit is balanced (symmetric), and a simpler
single-channel equivalent circuit (Fig. 11(b)) is used for noise
analysis. This model includes the 25 €2 source impedance, the
isolation resistance R; = 1 k{2, the coupling capacitance C; ~
20 fF, the capacitance C, ~ 100 pF of the cable connecting
the receiver to the low-noise preamplifier, and the sampling
diode on resistance Ron = Rs + kT /qlpuise - Bs = 982 is
the diode parasitic series resistance, and I, is the (average)
strobe-pulse conduction current passing through the sampling
diodes. The diodes’ junction impedance R; = kT/qlpuise
has an associated short-circuit shot-noise current with spectral
density 2¢]puise (A%/Hz), and hence R; has an available noise
power of kT /2 (W /Hz ). For brevity, we will (pessimistically)
assume an available noise power of kT' (W/Hz ) for R;,
the available noise power of a physical resistor. Ty is the
sampling aperture time duration, and Ty, + Tog = 27 /wLo -

Sampling circuit analysis is similar to that applied to
switched-capacitor filters [16]. Define the sampling duty cycle
D = Ton/(Ton + Toff) If [((50 Q4+ Ron)/D)”Ri]CI >
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Fig. 14. Phase transmission measurement of (a) a 5080 pm thickness quartz
test sample, (b) 4707 pum thickness Teflon test sample.The solid lines are
theoretical fits with the indicated dielectric constants.

1/wL0, then
Vout — RL (10)
Via Rz + By + (50  + Ron)/D’
the sampling circuit operating power gain is
Pyt _ 50 Q- R (11
Pavai]able [RL + Rc,, + (Ron + 50 Q)/D]z ’

and the sampling circuit noise figure is

_ IR+ (Ron + 50 9)/D|[Rs + Ri + (Ron + 50 9)/D)

F 50 Q- Rp

(12)
Most parameters in (12) are known device parameters, while
the DC current at the sampling circuit IF port can be measured
and is equal to IpuseD. A 32 dB sampling circuit noise
figure, and a —40.5 dB power gain are then calculated, given
Ry = 1 MQ. Comparing the measured signal/noise ratio
(Fig. 12) to the measured received power spectrum (Fig. 10
(b)), the measured noise figure is ~65 £ 5 dB, considerably
larger than the predicted 32 dB.

VI. MEASUREMENTS

Before using the system for measurements, its accuracy
must be verified. Fig. 13 shows the amplitude (left) and the
phase transmission measurements (right) of a 254 pm thin
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Fig. 15. Transmission measurement of a Bragg filter consisting of alternating
layers of 10 pieces of alumina and 9 pieces ofTeflon. (a) insertion loss
in 10-150 GHz and 100-300 GHz inset,illustrating the system frequency
resolution. (b) phase transmission.

alumina substrate (¢.. = 9.9). The measurement corresponds
well to theory from 30 to 250 GHz with three subsequent
measurements, with typical errors of ~0.2-0.4 dB. Commer-
cial microwave network analyzers operating in the 45 MHz to
60 GHz range have accuracies of ~ 0.05 dB. Commercial net-
work analyzers also use sampling circuits for signal detection
downconversion and hence have similar receiver noise figures
to the system reported here. The use of a pulsed stimulus
signal with low IF frequencies in the system reported here
introduces the effect of cumulative and overlapping phase-
noise sidebands (c.f. Section V), a limitation which would
be avoided if the stimulus signal had only a single Fourier
component, as in commercial network analyzers. To some
extent, the poorer accuracy of the reported system arises from
difficulties inherent with free-space systems (e.g. alignment,
spurious beam paths) and higher-frequency measurements
(phase noise degradation during harmonic multiplication).

As a first application, the system was used to determine
the dielectric constant of samples of fused quartz and Teflon.
In Fig. 14(a), the measured phase transmission function of a
5.08 mm quartz sample was compared to calculation, and the
dielectric constant adjusted in the calculation to obtain the
best fit. The dielectric constant is determined as 3.82 + 0.05.
In Fig. 14(b), the measured phase transmission function of a
4.71 mm Teflon sample was also compared to calculation. The
dielectric constant is determined as 2.09 * 0.05.
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Fig. 15 shows measurements of Bragg filter consisting of
alternating layers of 10 pieces of alumina (254 pm thickness)
and 9 pieces of Teflon (508 um thickness). The measurement
is noise-limited between 75 to 115 GHz. The filter shows 12
dB/GHz slope at 120 GHz.

VII. CONCLUSION

We have demonstrated a NLTL-based system for broadband
mm-wave electromagnetic measurements. Reproducible, accu-
rate measurements are possible from 30 to 250 GHz. The cur-
rent system will allow convenient and accurate measurements
of materials and mm-wave quasi-optical amplifier arrays. With
improvements in NLTL and sampling circuit bandwidth (which
we have recently obtained), combined with lower-phase-noise
sources, system bandwidth can be significantly extended.
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